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Técnicas de Ecualización 
Adaptativa 
 

I.1. Introducción 
 

I.2. Clasificación  
 

 
 
 
En este anexo se introducen los conceptos más importantes de la ecualización 
adaptativa y, posteriormente, se analizan las diferentes posibilidades.   
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I.1 Introducción 
 
Al analizar cualquier sistema de transmisión, se observa que las características del 
canal no se mantienen constantes a lo largo del tiempo. Esto, que se puede producir 
por múltiples motivos - cambios de temperatura, características del  material,  diversas 
curvaturas, longitud variable del canal, etc. - , conlleva que tanto la dispersión como la 
atenuación cambien sustancialmente; lo que supone cambios en el ancho de banda 
que, a su vez, hacen deseable el diseño de  un ecualizador que se adapte a los cambios 
en la respuesta del canal. Es decir, que las características frecuenciales del filtro pasa-
alta deben adaptarse a la respuesta del enlace, ya que, en caso contrario, se produciría 
una sobrecompensación o una subcompensación que provocaría que el bit a transmitir 
se distorsione y, en consecuencia, el BER aumente.  
 
A grandes rasgos, la estructura de un ecualizador adaptativo consta de dos bloques: el 
ecualizador (EQ) y el bloque que se encarga de modificar la respuesta del ecualizador 
en función de un análisis de la transmisión (UPDATE). Formando de esta manera un 
bucle de realimentación. El diagrama de bloques de dicha estructura se representa en 
la Fig. I.1. 

 
Fig. I.1 Diagrama de bloques de un ecualizador adaptativo. 

 
I.2 Clasificación 
 
La primera consideración a tener en cuenta es dónde se realiza la adaptación: en el 
transmisor o en el receptor. Como en el transmisor no se tiene información del canal, 
la ecualización adaptativa se aplica normalmente en el receptor.  

Para ecualizadores digitales, se utilizan diversos algoritmos, en los que el criterio más 
ampliamente aceptado es el de minimizar el error cuadrático (MSE) entre la secuencia 
recibida y la secuencia de entrenamiento conocida. Típicas estructuras  que utilizan 
este criterio son: las feed-forward transversal equalizers (FFE) y las decisión-feedback 
equalizer (DFE). En ambas, se usa el algoritmo de mínimos cuadrados (LMS) o sus 
variaciones [HAR06]. 
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Por otro lado, para los ecualizadores analógicos - ecualizadores pasivos (EQ-P) y de 
tiempo continuo (EQ-CT)-, el método de adaptación consiste en analizar la forma de 
onda de salida o su espectro. Y en función de la información obtenida modificar el 
comportamiento del EQ según convenga. Existen dos métodos para obtener dicha 
información: 1) muestrear y analizar las características de la transmisión en el dominio 
del tiempo o 2) la información se obtiene tratando de manera analógica el espectro de 
frecuencia. Este último es el más ampliamente implementado en los ecualizadores 
analógicos de alta velocidad [LIU04].  
 
En la Fig. I.2., se representan los diagramas de bloques y las implementaciones típicas 
empleadas en ecualizadores analógicos de alta velocidad. Se observa que la diferencia 
radica en obtener la señal de error que proporciona la información de la respuesta del 
canal y es la que modifica al EQ. 
  

                
           (a)                (b) 
 

 
(c) 

 
Fig. I.2 Diagrama de bloques de ecualizadores analógicos adaptativos de alta velocidad: (a) Obtiene la 

diferencia de la componente en DC antes y después de un slicer [BAB98](b) compara la componente en 
DC con la potencia total recibida [SUN05] y (c) analiza la señal a 200 MHz y a 600 MHz para una 

aplicación de transmisión por cable coaxial a 3.2 Gbps [MAX01]. 
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Descripción de la 
instrumentación 
 

II.1. DCA 86100C, Agilent 
 

II.2. BERT N4906A, Agilent 
 

II.3. ZVL 9KHz/6GHz, R&S 
 

II.4. Multimeter 3458A, Agilent 
 

II.5. FM300, Fotec m 
 

 
 
 
En este anexo se realiza una breve descripción de la instrumentación empleada 
a lo largo de este PFC. 
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II.1. DCA 86100C, Agilent 
 
El Analizador de Comunicaciones Digitales (DCA 86100C, Agilent), Fig. II.1, permite 
analizar y visualizar señales periódicas –como las PRBS- de alta velocidad. Proporciona 
toda la información intrínseca de un diagrama de ojo, así como análisis específicos de 
ruido y de jitter.  

 

 
Fig. II.1 Analizador de redes. DCA 86100 C, Agilent [AGI05]. 

 
El DCA 86100C es un osciloscopio de tiempo equivalente que permite representar 
señales periódicas que uno de tiempo real no podría. La diferencia entre ambos tipos 
de osciloscopios radica en el método de muestreo empleado. El muestreo del segundo 
consiste en tomar muestras adyacentes, por lo que su límite de precisión vendrá 
impuesto por la capacidad de muestreo; mientras que el de tiempo equivalente toma 
muestras en diferentes barridos. Cada barrido viene marcado por una señal de disparo 
(trigger) que permite tomar de manera sincronizada, secuencial y ordenada una 
muestra de cada período de la señal. Cada una de éstas  se toma con un retardo 
diferente respecto al trigger; este retardo se denomina retardo incremental y es  el 
que marca la precisión del osciloscopio. Posteriormente se restaura la señal a un eje de 
tiempos común, situando cada muestra en función de su retardo. En la Fig. II.2.a se 
observa el método de muestreo y reconstrucción para representar un diagrama de ojo 
y en la Fig. II.2.b el de la señal PRBS propiamente dicha, para lo cual es necesario que 
se detecte el inicio del patrón de datos (pattern jitter).  
 

 

 



ANEXO II  DESCRIPCIÓN DE LA INSTRUMENTACIÓN 

 

 59 

 
II.2.(a) 

 

 
II.2.(b) 

Fig. II.2 Método de muestreo y reconstrucción en un osciloscopio de tiempo equivalente: (a) Diagrama 
de ojo y (b) Modo osciloscopio normal [AGI05]. 
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II.2. BERT N4906A, Agilent 
 
El medidor de tasa de error (BERT N4906, Agilent), Fig. II.3, permite medir el BER de un 
circuito, así como generar las señales necesarias para visualizar y analizar 
completamente un sistema a través de un DCA. 

La salida que genera el BERT son secuencias de bits pseudoaleatorios (PRBS) que 
simulan una transmisión de datos real al contener un amplio rango de posibles 
transiciones de bits. Esto sirve para caracterizar el comportamiento de un sistema de 
comunicaciones. 

 

Fig. II.3 Medidor Tasa de Error. BERT N4906A, Agilent [AGI08]. 

 
II.3. ZVL 9KHz/6GHz, R&S 
 
El analizador de redes vectorial (ZVL 9KHz/6GHz, R&S), Fig. II.4, nos proporciona la 
respuesta frecuencial del circuito bajo test (DUT). Para ello, es necesaria la correcta 
calibración que elimine de la medida tanto los elementos parásitos como los 
componentes necesarios en el setup. De esta forma, se asegura que la respuesta 
obtenida sea la del DUT. 

 

 

Fig. II.4 Analizador de Redes Vectorial. ZVL 9KHz/6GHz, R&S [R&S09]. 
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II.4. Multimeter 3458A, Agilent 
 
El multímetro de precisión (Multimeter 3458A, Agilent), Fig. II.5, proporciona una 
medida exacta de las diferentes componentes en DC, tanto corriente como voltaje, con 
una sensibilidad máxima de 10 nV y 1 pA respectivamente.  

 

 

Fig. II.5 Multímetro de Precisión. Multimeter 3458A, Agilent [AGI01]. 

 

 
II.5. FM300 Fotec m 
 
El medidor de potencia óptica para fibra FM300, Fotec m, Fig. II.6, tiene un detector de 
silicio que permite medir la potencia recibida para una λ ≈ 665 nm, en un rango de +10 
a -70 dBm.  
 

 
 

Fig. II.6 Medidor de Potencia Óptica para Fibra. FM300, Fotec m [FOT00]. 
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Hojas de características 
 

III.1. Red laser diode DL 3149-057, Sanyo 
 

III.2. SI-POF ESKA Premier GH 4002 2.2 mm, 
Mitsubishi 
 

III.3. Si PIN PD S5972, Hamamatsu 
 

III.4. Transistor BFP640, Infineon 
 

III.5. Array de Transistores HFA3127, Intersil 
 

III.6. Bias-T  ZFBT-4R2G+, Minicircuits 
 

III.7. Balun Model BIB-100G, Prodyn 
 

 
 
 
En este anexo se exponen las hojas de características de los componentes 
comerciales que se han utilizado en este PFC.   
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III.1. Red laser diode. DL 3149-057, Sanyo 
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III.2. SI-POF. ESKA Premier GH 4002 2.2 mm, Mitsubishi 
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III.3. Si PIN  S5972, Hamamatsu  
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III.4. Transistor. BFP640, Infineon 
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III.5. Array de Transistores. HFA3127, Intersil 
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III.6. Bias-T. ZFBT-4R2G+, Minicircuits 
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III.7. Balun. Model BIB-100G, Prodyn 
 

 

 

 

 



 

 

 82 

 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 



 

 

 83 

 
 
 

 

IV 
 
 

 
 
Publicaciones del autor 
 

IV.1. Introducción 
 

IV.2.  “Low-Cost TIA and Equalizer For SI-POF”. 
19th International Conference on Plastic 
Optical Fibers 

 

IV.3. “1.8V - 3GHz CMOS Limiting Amplifier with 
Feedforward Frequency Compensation”. 
Microelectronics Reliability 

 

IV.4. “A 0.18 µm CMOS Integrated 
Transimpedance Amplifier-Equalizer for 2.5 
Gb/s”. IEEE International Midwest 
Symposium on Circuits and Systems 

 

 
 
 
En este anexo se presentan las publicaciones  en las que ha colaborado el  
autor y relacionadas con el proceso de elaboración de este PFC. 
 
 
 
 
 

  

Anexo  



ANEXO IV  PUBLICACIONES DEL AUTOR 

 

 84 

IV.1. Introducción 
 
Autores:  I. Lope, J. Mateo, J. M. García del Pozo, J. Urdangarín and S. Celma. 
Título:   Low-Cost TIA and Equalizer For SI-POF. 
Congreso: 19th International Conference on Plastic Optical Fibers. Yokohama, 

Japan, 2010. 
Referencia: [LOP10]. 
 
 
Autores:  J. M. García del Pozo, S. Celma, A.Otín, I. Lope and J. Urdangarín. 
Título:  1.8V - 3GHz CMOS Limiting Amplifier with Feedforward Frequency 

Compensation 
Revista: Microelectronics Reliability, 2010. 
Referencia: [GAR10]. 
 
 
Autores:  F. Aznar, S. Celma, B. Calvo and I. Lope. 
Título:  A 0.18 µm CMOS Integrated Transimpedance Amplifier-Equalizer for 2.5 

Gb/s. 
Congreso: IEEE International Midwest Symposium on Circuits and Systems. Seattle, 

2010. 
Referencia: [AZN10]. 
  

 
 
 
 
 
 
 
 
 
 

 



Low-Cost TIA and Equalizer for SI-POF 
Lope, I. (1), Mateo, J. (1), García del Pozo, J.M. (1), Urdangarín, J. (1), Celma, S. (1)  

1: Department of Electronic and Communications Engineering 
University of Zaragoza, Zaragoza, Spain 

lope@ieee.org 
 

Abstract: This paper presents an analog front-end suitable for low-cost POF systems compatible with the 
standard IEEE 1394b. The proposed front-end includes a Si PIN photodiode, a transimpedance amplifier and a 
differential equalizer. 
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1. Introduction 

A great interest has emerged in the use of plastic optical fibers (POFs) for data transmission systems. The 
low cost of manufacture and maintenance of such systems makes them very attractive for the consumers. For this 
reason, recently the standard IEEE 1394b includes the requirements of a POF system in local area networks [1]. 
The analog receiver front-end appears as one of the most important blocks because it sets the network 
performance. Given this consideration, in the last years several alternatives of analog front-ends have been 
reported, [2-4]. In all these proposed designs the conventional architecture includes a low cost silicon photodiode 
(PD), a transimpedance amplifier (TIA) and a continuous-time equalizer (EQ). 

Precisely in this work, a complete analog front-end is presented. In section 2, the design of the front-end is 
introduced. In section 3, the results will be shown, and at the end, the main conclusions will be drawn. 

 

2. Design of the front-end 
 2.1 Fiber and photodiode 

In order to implement a suitable analog front-end, the designer needs to know the signal transmission and 
detection characteristics of the fiber and the photodiode, respectively.  
Taking into account the strong dependence of the fiber bandwidth on the length, the first step was to measure the 
bandwidth of the POF (ESKA Premier GH 4002 2.2 mm) with lengths of 10, 20 and 30 m. It was tested following 
the approach reported in [5]. The results are shown in Fig. 1. 
The choice of the photodiode represents the second critical design criterion. Nevertheless, if the aim is a low cost 
system, silicon photodiodes is the best option. In our case, a S5972 Si PIN Photodiode (Hammamatsu) has been 
selected. 
To get a good characterization of the photodiode, an analysis was made of its depletion capacitance, CPD, versus 
the reverse bias voltage, VREV. This analysis is shown in Fig. 2. These results show that for VREV ≥ 1.5 V, the value 
of CPD remains almost unchanged in 3 pF. 

10
7

10
8

10
9

-10

-8

-6

-4

-2

0

2

Frequency, F(Hz)

N
or

m
al

iz
ed

 O
ut

pu
t A

pl
itu

de
, G

N (d
B

)

 

 

Fiber 10 m.
Fiber 20 m.
Fiber 30 m.

 
0 0.5 1 1.5 2 2.5 3 3.5

2.5

3

3.5

4

4.5

5

5.5

6

Reverse Bias Voltage, VREV (V)

P
ho

to
di

od
e 

P
ar

as
iti

c 
C

ap
ac

ita
nc

e,
 C

 PD
 (p

F)

 
Fig.1. Frequency response of the POF 
GH 4002 with different lengths. 

Fig.  2. Photodiode capacitance as a function 
of the reverse voltage. 

  

2.2 Transimpedance amplifier 

In this work, a shunt-feedback TIA designed with a passively loaded bipolar transistor is proposed. The 
structure is depicted in Fig. 3.  
As shown in this figure, an input matching network is also included. This is based on a bias resistor, RPD =  2 kΩ, 
and a decoupling capacitor, CD= 22 nF. The resistor value is calculated for reduced impact in the frequency 
response and the capacitor avoids the pernicious DC offset input current. One important design condition is 
RPD >> Zin where Zin represents the input impedance and whose value is around 100 Ω. 



 
Fig. 3. Schematic of the proposed front-end. 

 
The transistor QN1 is the key device in this input block. The transresistance, the bandwidth and the noise, 
fundamental specs in a TIA, depend strongly on it. The optimization of this transistor is done in two different ways: 
First, choosing proper commercial devices and then maximizing the channel capability in the Shannon sense. 
In this work, a BFP640 NPN Silicon Germanium RF Transistor, with packaging SOT343 (Infineon), is selected for 
the implementation of QN1. This transistor has a transition frequency of 40 GHz. This transition frequency 
guarantees as main frequency limitation the photodiode depletion capacitance, which has been well characterized 
in the previous section. 

Shannon´s equation in [6] allows obtaining the expression of the TIA capability, C, given by:  
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where BW, iin and in,TIA represent the bandwidth, the input signal amplitude and the input-referred noise, 
respectively. Applying small-signal models for each device of the TIA, analytical are obtained: 
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In these equations TR represents de transresistance of the TIA, β is the current gain of the bipolar transistor QN1, 
Cin is the input parasitic capacitance of the TIA and Cbc is the base-collector capacitance. Cin includes the PD 
depletion capacitance, CPD, the base-emitter capacitance, Cbe, and the parasitic capacitance of the track, CTRACK. 
Similarly, IC is the collector current and BWn = 1.1⋅BW is the effective white noise bandwidth. The rest of the 
magnitudes have the conventional meaning, [7-8]. 
All the previous intrinsic magnitudes have dependence on the bias current. These dependences are quite 
complicated in some cases, and for this reason the value of each magnitude is directly extracted from the 
simulator. Keeping in mind this fact, the theoretical results of the normalized capability of the proposed TIA are 
those shown in Fig. 4. 
In these results, the biasing was defined in each point for optimum output dynamic range and for optimum bias 
point of the next stage (the equalizer). For this reason, given a specific bias current, resistors RF and RL1 in Fig. 3 
were calculated to set VCE to 1.75 V. Similarly, another factor which must be taken into account is that the input 
current is around 1 µA. 
Although the optimum capability is obtained within IC = 40 mA, our definitive choice was IC = 30 mA, RF = 4 kΩ 
and RL1 = 50 Ω. These values are chosen for two reasons: 1) the proper output matching impedance is obtained 
and 2) the C improvement between the two previous currents does not justify the increase in the power 
consumption. Final calculated specs are: TR ≈ 70 dBΩ, BW≈ 251 MHz and in,TIA ≈ 125 nArms. 

2.3 Equalizer 

The proposed equalizer is shown in Fig. 3. It is based on a bipolar degenerated pair with a RC compensation 
network. All bipolar transistors are implemented by using a commercial HFA3127 NPN bipolar array with package 
SOIC (Intersil). In this way, a good tracking between paired transistors is obtained achieving a better differential 
response. The transition frequency is 8 GHz. 
The optimization of the equalizer capability mainly implies the optimization of the frequency response. However, 
given the signal levels required by the limiting amplifier (next block in the receiver), certain gain factors must be 
guaranteed. The simulated results of the equalizer capability as a function of the bias current are shown in Fig. 5. 



Again, the biasing was defined in each point to obtain the optimum output dynamic range. For this reason, given a 
specific bias current, the optimum RL2 was calculated to set the DC output level to 1.75 V.  
Although the optimum capability is obtained within IC = 50 mA, to reduce the power consumption and to get an 
output matching impedance (RL2 = 50 Ω) IC = 30 mA was chosen. These values provide a gain G ≈ 17 dB and a 
minimum BW ≈ 600 MHz (without equalization network). 
Once the pair is optimized, the RC compensation network must be designed. Equation (5) presents the equalizer 
transfer function where the dependence on the intrinsic parameters is shown. The parameter rbe represents the 
base-emitter resistance. The transfer function has in first order approximation a zero and a pole. 
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In order to get a well designed equalizer an iterative process based on comparison between theoretical and 
experimental results is employed. In this work, the network is changed manually by simple manipulation of the 
PCB. In the definitive version the change of the compensation network will be done electronically by means of an 
ADG904 digital RF switch array (Analog Devices). The final network values will be shown in the next section. 
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Fig. 4. Normalized TIA capability as a function 
of the bias current. 

Fig. 5. Normalized equalizer capability as a 
function of the bias current. 

  

3. Experimental results 
The proposed design was mounted in a double-sided PCB, see Fig. 6. One of these sides is a uniform 

ground plane where the PD is soldered (bottom). The other is used for signal and supply routing (top). The whole 
system power consumption is 396 mW with a single 3.3 V supply voltage. 
Our test circuit includes another PCB where a DL3149-057 red laser diode (Sanyo) with a 50Ω matching network 
is employed. This test laser is routed by using a bias-T ZFBT-4R2G+ (Minicircuits). 
The results in Fig. 7 correspond to the frequency response of the whole circuit measured with a ZVL 6 GHz 
network analyzer (R&S). This analysis considers different fiber lengths with the adequate compensation network. 
These results are compared with those obtained when no equalization is made. This comparison shows a 
bandwidth enlargement between 3.7 and 4.6 times, depending on the fiber. It is quite interesting to note that the 
output cut-off frequency is almost constant despite of the variable input cut-off frequency. This confirms the proper 
system operation. 
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Fig. 6. Whole proposed analog front-end. Fig. 7. Frequency response of the analog front-end. 

Fig. 8, 9 and 10 show the experimental eye diagrams of the whole circuit measured with an Infiniium DCA-J 
86100C digital communications analyzer (Agilent) and a N4906A bit error rate tester (Agilent). All results consider 
a 231-1 non-return to zero pseudorandom bit sequence (NRZ PRBS) at 800 Mb/s and the same transmitted optical 



power. Eye diagrams show a variation in the eye opening from 3 mV to 24 mV, obtaining the smallest result with 
the fiber of 30 m. Nevertheless, all cases achieve a BER lower than 10-12. The worst jitter is 170 psrms for the fiber 
of 30 m.  
Fig. 11 presents the output noise distribution as a function of the 1/0 logical state. The maximum experimental 
noise contribution is detected when the state is 1 achieving 614 µVrms while our theoretical models predict 
410 µVrms. 
 

  
Fig. 10. Eye diagram at 231-1 NRZ PRBS. 
R1=220 Ω, R 2 = 5 Ω, C 2 = 10 pF, 30 m fiber 
length and 800 Mb/s. 

Fig. 10. Eye diagram at 231-1 NRZ PRBS. 
R1=220 Ω, R 2 = 5 Ω, C 2 = 8.2 pF, 30 m fiber 
length and 800 Mb/s. 

  

Fig. 10. Eye diagram at 231-1 NRZ PRBS. 
R1=220 Ω,  R2 = 5 Ω, C 2 = 5 pF, 10 m fiber 
length and 800 Mb/s. 
 

Fig. 11. Output rms noise distributions. 

4. Conclusions 
This paper has presented an analog front-end suitable for low-cost POF systems in the standard IEEE 1394. 

The proposed front-end includes a Si PIN photodiode, a transimpedance amplifier and a differential equalizer. 
The analog front-end has been designed in bipolar technology with supply voltage of 3.3 V. The whole system 
consumes 396 mW, achieves a total gain of 70 dBΩ and operates up to 800 Mb/s. At this bit rate and with fiber 
lengths up to 30 m, the circuit has a BER ≤ 10-12 and a maximum jitter of 170 psrms. 
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a b s t r a c t

A compact robust CMOS limiting amplifier (LA) for high data traffic optical links is presented in this work.
The core considers two different blocks. First, four common-source inverter amplifiers are included,
which optimize the gain-bandwidth product of the structure. And second, two additional compensation
stages are placed strategically between the gain stages alleviating the pernicious load effect. These stages
develop two different compensation techniques simultaneously thus increasing the bandwidth. The pro-
posed design consumes 113 mW with a single 1.8 V supply. It achieves a cut-off frequency up to 3 GHz
and provides a gain of 21 dB. The circuit is packaged in a QFN24 and mounted on a commercial FR4 PCB.

� 2010 Elsevier Ltd. All rights reserved.

1. Introduction

The receiver front-end is one of the key building blocks in an
optical network. This module faces the signal conversion from
optical to electrical and the signal conditioning. This is usually
achieved in the analog domain while the digital circuitry is kept
for data recovery and processing. As Fig. 1 shows, an analog
front-end includes three sub-blocks: the photodiode, the preampli-
fier (Pre) and the postamplifier (Pos) [1].

The postamplifier exhibits large gain and high bandwidth as the
strongest design criteria. The postamplifier noise can be discarded
and this is because the most relevant noise contribution in an opti-
cal receiver is associated to the photodiode and the preamplifier
[2].

Two common postamplifier topologies are the variable gain
amplifier and the limiting amplifier. However, the use of limiting
amplifiers offers several advantages, such as higher operating
speeds, lower voltage supply and power consumption, easier de-
sign in terms of stability and complexity, smaller area and simpler
monolithic implementation [3,4]. For this reason we have chosen
this postamplifier topology.

Limiting amplifiers (LAs) are open-loop non-linear systems
which provide voltage gain, thereby increasing the signal ampli-
tude between two logical states [5]. They normally consist of two
basic building blocks: the core and the DC offset compensation cir-
cuit (DCCC). The block diagram of the whole limiting amplifier is
shown in Fig. 1. The core employs a cascade of N amplifiers which
are fully optimized for gain and bandwidth. The DCCC works as a
DC feedback loop detecting the offset at the output and correcting

it at the input. This second block increases reliability by avoiding
mismatch and temperature errors [6].

The optimal value of N depends on the topology of each ampli-
fier. The basic implementation of a core was well described in [7].
In that case, each amplifier was designed as a differential pair opti-
mizing the gain-bandwidth product. Nevertheless, this simple
implementation has a serious drawback: a strong bandwidth
dependence on the technology. This phenomenon has its origin
in the load effect between stages. A possible solution is to select
a more advanced and more expensive CMOS process.

Other solutions without resorting to more sophisticated tech-
nologies have been reported to alleviate this setback. The first
one is based on the downscaling technique [8]. The structure also
consists of N amplifiers but in this case each amplifier is scaled
with respect to its predecessor. This technique slightly reduces
the load effect, but the problem remains.

Another compensation technique is the well-known passive
shunt-peaking [9]. This technique increases the bandwidth by gen-
erating a peak in the frequency response. The main drawback with
this alternative is precisely the use of N passive inductors. These
devices present low levels of reliability and accuracy, low quality
factors and require a lot of area.

Other authors use the so-called multi-feedback technique. In
this case, N amplifiers are employed which include feedback loops
either in the same stage or between different stages. For example,
[10] reports a feedback loop which uses capacitors that implement
a negative capacitance in each stage. In another case, feedback
loops between different stages are proposed [11]. This aims for a
peak effect like that obtained in the previous technique. However,
the multi-feedback technique suppresses several of the most
important advantages of limiting amplifiers, i.e., stability and
simplicity.

In the present work, the effort is concentrated on the design of a
limiting amplifier with a new compensation technique which
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avoids all the previous reported drawbacks. Section 2 presents the
proposed limiting amplifier describing in detail the whole design
process. In Section 3, the results are analyzed. And finally, conclu-
sions are drawn in Section 4.

2. Proposed limiting amplifier

The design process begins by considering common-source (CS)
inverter cells implementing each amplifier. The main advantages
of these simple topologies are the low-voltage operation and the
large bandwidth. Other important benefits are two requirements
for reliability: stability and predictable behavior for any operating
condition. If N identical inverter amplifiers with no load effect be-
tween stages are placed in cascade, the gain-bandwidth product of
each amplifier stage (GBWs) can be expressed as a function of the
cut-off frequency, fc, and the voltage gain, GT, of the whole limiting
amplifier:

GBWs ¼ ðGTÞ
1
N

fCffiffiffiffiffiffiffiffiffiffiffiffiffiffi
2

1
N � 1

p ð1Þ

In such a configuration, an approximated expression of N which
optimizes GBWs, Nopt, is reported in [12] which is valid when GT

�p2:

Nopt � 2 lnðGTÞ ð2Þ

The voltage amplitude at the output of the preamplifier is
around 10 mV and the amplitude at the output of the LA should
be around 100 mV. Obviously, this means a total gain GT of 10
(20 dB). Considering this fact and the Eq. (2), the optimum value
of the number of stages is Nopt = 4.61. However, N must be an inte-
ger number. Thus, a choice between 4 and 5 stages must be made.
The final choice of four stages is based on the proposed compensa-
tion technique which is explained later.

Given a standard with a specific bit rate, the bandwidth of the
LA must be equal to or higher than the fundamental frequency of
the data stream [13]. So, if the bit rate is 3 Gb/s, the bandwidth
must be set at fc = 3 GHz. If this criterion and the expression (1)
are taken into account, the optimal gain-bandwidth product of
each actively loaded inverter cell should be GBWs,opt � 12 GHz.
Using four stages, the gain (Gs) and the bandwidth (BWs) per stage
should equal 1.8 and 6.7 GHz, respectively. All these previous con-
siderations are also deduced from the theoretical results of Fig. 2.

Common-source stages can be implemented in two different
ways, actively or passively loaded. Actively loaded CS amplifiers
usually present higher gains, larger output swings and more com-
pact designs. For these reasons, actively loaded stages have been
chosen. In the proposed CS stages the active loads are implemented

with PMOS transistors working solely as DC bias current sources.
This means that the signal is processed only by NMOS transistors
which achieve transition frequencies higher than PMOS transistors
making the circuit faster.

However, the load effect between stages has been neglected in
our approach. This assumption must be checked. The results in
Fig. 3 shows the impact of this effect on one stage and on the whole
structure when the core is implemented with transistors. The
curves with higher bandwidth incorporate an ideal voltage buffer
with unity gain between stages providing isolation. Nevertheless,
the responses with lower cut-off frequency do not incorporate this
ideal buffer and therefore suffer the load effect. A bandwidth
reduction of up to 16% can be observed and, obviously, the required
frequency performance is not reached.

In this work, an efficient way of frequency compensation is sug-
gested, which alleviates this load effect, retaining all the original
advantages of the simpler core based only on N CS stages. Let us
now show the proposed core of the LA which is depicted in Fig. 4.

This topology is unconventional due to the inclusion of another
two identical compensation stages (CM). One is placed between
the first two amplifiers. Similarly, another CM stage is placed be-
tween the other two amplifiers. These compensation stages are
based on two NMOS transistors. The upper transistor is biased by
a resistor connected between the supply and gate terminals, Ri.
This resistor is basically idle in the DC operating point because

Fig. 1. Optical receiver architecture and the implementation of the postamplifier as
a limiting amplifier.

Fig. 2. Gain-bandwidth product as a function of the number of stages.

Fig. 3. Postlayout frequency response in different steps of the design process.
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there is no current flow across, so the gate voltage of the upper
transistor equals VDD. However, it plays a very important rule in
the proposed frequency compensation. This can be understood
by analyzing the simplified models of each stage of the core.

Actively loaded CS stages, which provide the main gain contri-
bution, can be modelled by a first order transfer function [14]:

HCS;iðsÞ �
�gN1roN1

sCOroN1 þ 1
ð3Þ

where gN1 is the MN1 transconductance, roN1 is the MN1 output resis-
tance and CO is the output load capacitance of the stage. Similarly,
taking into account the load effect it can be demonstrated how
the CM stages can be modelled by a second order transfer function
which has one zero and two poles [15]:

HCM;iðsÞ �

�gN1ro

gN2ro þ 1
ð1þ sCgsN2RiÞ

s2 COCgsN2roRi

gN2ro þ 1
þ s

COro þ CgsN2ðro þ RiÞ
gN2ro þ 1

þ 1
ð4Þ

where the variable ro denotes the parallel equivalent resistance be-
tween of roN1 and roN2, and CgsN2 is the gate-source parasitic capac-
itance of MN2.

In these two expressions, the contributions of the bias PMOS
transistors are neglected. This approximation may seem tough.
However, it is justified because the most important frequency con-
tribution is made by the parasitic Cgs of the NMOS transistors. Now,
consider two groups of amplifiers formed each of them by two CS
stages and a CM stage. The resulting transfer function of the LA
core is given by:

HCðsÞ ¼
Y2

i¼1

HCSi
ðsÞ � HCMi

ðsÞ � HCSi
ðsÞ ð5Þ

Taking Eqs. (3)–(5) into account, an understanding can be ob-
tained of how the proposed structure works. By using the correct
sizes of NMOS transistors (MNi) and polysilicon resistors (Ri), two
different frequency compensations are achieved simultaneously.
Initially, the zero of the CM stage cancels the pole of the first CS
stage. And finally, the second order transfer function provides a
shunt-peaking effect. This effect compensates the drop in the fre-
quency response due to the second CS stage. This approach is
reproduced in the three last stages.

Note that no extra passive devices such as inductors are used.
This makes the design more compact and robust than other previ-
ous structures based on passive inductors [9]. The topology main-
tains the minimum voltage supply condition. The use of only two
CM stages barely increases the power consumption. And finally,
the structure presents no physical feedback loop, thus ensuring
stability.

In the proposed LA, the bias voltage Vf fixes the quiescent cur-
rent of the input stage. This voltage is the error signal provided

by the DC feedback loop. The bias voltage Vb fixes the rest of the
bias currents. In this prototype Vb is externally adjustable for test
purposes. The voltages Vf and Vb are identical in the absence of
DC drifts. Another design criterion is imposed. A bias point where
VGS,MN = VDS,MN � 1 V must be set to simplify the biasing circuitry,
achieve a large output swing and obtain a better matching be-
tween NMOS transistors.

DC compensation circuits are usually designed using RC net-
works and error amplifiers. A MOS transistor operating in the
triode region works as high value resistor. A MOS capacitor operat-
ing in strong inversion implements the other network device. To-
gether, they make it possible to achieve lower cut-off frequencies
with no external devices, obtaining a fully integrated implementa-
tion [6]. In Fig. 5, MR and MC form the MOS RC network. The pas-
sively loaded CS stage works as an error amplifier fixing the DC
loop gain (�20 dB) and also operating as a DC level shifter. The bias
voltage Vref is set manually for testing purposes. The entire LA
including the DCCC has a low cut-off frequency of around 300 kHz.

The results reported in Fig. 6 shows the output DC level depen-
dence on temperature in two cases, with and without the DC com-

Fig. 4. Proposed core of the LA.

Fig. 5. Proposed DCCC of the LA.

Fig. 6. DC output level as a function of temperature.
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pensation circuit. The range of simulated temperatures is from
�20 �C to 80 �C. The obtained results show an obvious improve-
ment setting the thermal sensitivity at 0.2 mV/�C. This reduces
the original value by 95%.

3. Experimental results

The limiting amplifier was fabricated in a low-cost 180 nm
CMOS process. The prototype includes ESD protection circuits
and an open drain based driver. The total power consumption is
113 mW at 1.8 V single supply voltage (including LA and test

blocks). Table 1 summarizes the values of the main circuit devices.
The total active area is 140 � 80 lm2. Fig. 7 shows the die photo.

The buffers included at the input of the DC bias voltages Vb and
Vref (see Figs. 4 and 5) isolate the off-chip and on-chip parts. Nev-
ertheless, in a definitive analog front-end IC, the bias voltages will
be generated by means an internal bandgap reference. The die was
enclosed in a QFN24 package and mounted on a FR4 PCB, guaran-
teeing low cost and minimizing parasitic effects (Fig. 8). The bot-
tom layer of the board includes the supply/bias voltage filtering
networks based on a low-Q ferrite inductor (4.7 lH) and three dif-
ferent low ESR/ESL ceramic capacitors (1 lF, 10 nF and 1 nF). The
SMD coupling capacitors of 22 nF are situated in the top layer.
The same layer of the PCB also includes input and output imped-
ances of 50 X realized by SMD resistors and microstrip lines. The
second and third layers are uniform ground and supply planes,
respectively. This configuration isolates the RF and DC planes min-
imizing crosstalk and avoiding instabilities [16]. The DC input level
is set by using a bias-T ZFBT-4R2G+ (Minicircuits) with operation
frequencies between 10 and 4200 MHz.

The supply inductor package size is SMD 1008, which supports
the maximum DC current flow. On the other hand, the rest of the
PCB devices are SMD 0603. This choice is for test purposes as it
is small enough for parasitic effects and large enough for manipu-
lation in the case of substitution.

All DC and RF signals are introduced by using planar SMA con-
nectors with a flat response of up to 18 GHz. This configuration
provides low EM interference, reduced insertion losses and mini-
mum impact on the frequency response.

Table 1
Values of the main parameters of the circuit
devices.

Device Value

MN1 WN1 = 25.0 lm
LN1 = 0.18 lm

MN2 WN2 = 80.0 lm
LN2 = 0.18 lm

MP WP = 45.0 lm
LP = 0.18 lm

MD WD = 55.0 lm
LD = 0.18 lm

MR WR = 0.24 lm
LR = 1.00 lm

MC WC = 25.0 lm
LC = 25.0 lm

R1 500 X
R2 500 X

Fig. 7. Die photo of the limiting amplifier. Some circuit parts are situated beneath
the passivation layer. Fig. 9. Frequency response of the whole design.

Fig. 8. Photo of the PCB with packaged LA: (a) top and (b) bottom.
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The results in Fig. 9 correspond to the frequency response of the
whole PCB. This was obtained by using a ZVL 9 kHz/6 GHz (R&S)
network analyzer and calculated with the expression reported in
[17]. A gain of 21 dB is obtained with a bandwidth of 3.0 GHz.
These experimental results differ from the simulation in the low
cut-off frequency and the small drop at 1 GHz. While the cut-off
frequency should be around 300 kHz, the use of the bias-T set this
cut-off frequency at 10 MHz. The other difference is associated to
the small fluctuations in the fabrication process of the compensa-
tion resistors.

The eye diagrams of the system with a 3 Gb/s 231-1 non-return
to zero pseudorandom bit sequence (NRZ PRBS) are shown in
Fig. 10. The response is evaluated with two different amplitudes,

15 mV and 25 mV. The available bit error rate tester (BERT) cannot
provide lower output amplitudes than 250 mV, therefore two dif-
ferent attenuators of 5 dB and 20 dB have been used which operate
up to 18 GHz, BW-S5W2+ and BW-S20W2+ (Minicircuits). While
the eye amplitudes remain almost identical, equaling 213 mV,
the total jitter is higher in the case of lower input amplitudes
achieving 20 psrms.

Fig. 11 plots the output noise distribution as a function of the
logical state. The worst measured values are 591 lVrms and
348 lVrms when the states are 1 and 0, respectively.

The analysis shown in Fig. 12 is the bit error rate, BER, as a func-
tion of the input voltage amplitude. These results show that the
circuit achieves a BER 6 10�12 (error free) when Vin P 14.2 mV.

The eye diagram, noise distributions and BER curves have been
measured by using the BERT N4906A (Agilent) and the digital com-
munications analyzer (DCA) Infiniium DCA-J 86100C (Agilent).

4. Conclusions

A compact robust CMOS limiting amplifier (LA) for high data
traffic optical links is presented. The core includes two different
types of stages. Firstly, four common-source inverter amplifiers
optimize the gain-bandwidth product providing the required gain.
Secondly, two additional compensation stages are included. These
stages develop two different frequency compensation techniques
simultaneously: pole-zero cancellation and shunt-peaking. These
alleviate the pernicious load effect thereby increasing speed with
ensured stability. The LA also includes a DC compensation circuit
based in a MOS RC network and an error amplifier. This DCCC
which is monolithically implemented avoids mismatch and tem-
perature problems.

The entire design was fabricated in a low-cost 1.8 V, 0.18 lm
CMOS technology. It achieves an upper cut-off frequency of up to
3 GHz, and consumes 113 mW. The prototype was enclosed in a
QFN24 plastic package and mounted on a FR4 PCB. It has been
tested up to 3 Gb/s obtaining a BER 6 10�12 @ Vin P 14.2 mV.
These results show the excellent performance of the proposed
structure. They also highlight this design as a low-cost preferential
consumer choice in standards 10 Gigabit Ethernet (10GE) and Syn-
chronous Optical Network (SONET), such as 10GBase-LX4 and OC-
48, respectively.
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Fig. 10. Eye diagram of the proposed LA. Input signal, 3 Gb/s 231-1 NRZ PRBS with an amplitude of: (a) 15 mV and (b) 25 mV.

Fig. 11. Output noise as a function of the logical state. Input signal, 3 Gb/s 231-1
NRZ PRBS with an amplitude of 15 mV.

Fig. 12. BER response versus input voltage. Input signal, 3 Gb/s 231-1 NRZ PRBS.
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Abstract—This paper presents a transimpedance amplifier 
(TIA)-equalizer combination optical receiver for 2.5 Gbit/s 
communications realized in a standard 180 nm CMOS process. 
The first stage, a transimpedance amplifier (TIA), is based on a 
conventional structure with an inverting voltage amplifier and a 
feedback resistor, but incorporates a technique to prevent the 
TIA saturation at high input currents. Simulation results show 
an optical sensitivity of 4 μA for a BER = 10-12 and a maximum 
input current of 1.5 mApp, what leads to an input dynamic range 
above 52 dB. The TIA is followed by an equalizer which 
compensate the typical frequency response of an integrated 
photodiode. The power consumption is 6.5 mW for the TIA and 
4.1 mW for the equalizer with 1.8 V supply. 

I. INTRODUCTION 
In a typical optical receiver system, the most critical 

component affecting the whole system speed and noise-
sensitivity is the front-end transimpedance amplifier (TIA). 
Therefore, many different TIA topologies have been 
proposed to date. The most popular is the shunt feedback 
amplifier, based on a voltage inverting amplifier with a 
feedback resistor RF, as shown in Fig. 1. The feedback 
resistor directly affects the dynamic range (DR) of the TIA, 
defined as the ratio of maximum to minimum photocurrent 
that can be properly sensed. The DR can be extended by 
using a variable RF to vary the transimpedance as a function 
of the input signal strength, taking care of introducing a 
method to improve control of stability and bandwidth, as both 
the quality factor and the bandwidth change with RF [1]. 
Alternatively, to improve DR, compression of the input 
photocurrent can be implemented [2]. In addition, this latter 
technique has the advantage that prevents the TIA saturation 
at high input currents, which strongly degrades the pulse 
response of the complete optical receiver. 

 

 
Fig. 1. Shunt-feedback TIA and photodiode model. 

 

In addition to the photodiode response commonly 
modeled as shown in Fig. 1, which results in a dominant pole 
related to the photodiode capacitance and the input 
impedance of the TIA, the responsitivity of an integrated 
photodiode also depends on the frequency: owing to slowly 
diffusing carriers [3], the frequency response is degraded by 
about 5 dB/dec from 1 MHz on. To compensate this 
undesirable effect, an equalizer, based on a source 
degenerated structure, is included after the TIA, attaining an 
approximately flat frequency response. 

This paper presents a low-cost high speed optical receiver 
that includes a transimpedance amplifier, based on a previous 
work [4], and an equalizer to optimize the frequency response 
assuming an integrated photodiode. The whole design is 
implemented in a standard 180 nm CMOS process, achieving 
a data rate of 2.5 Gbit/s. The paper is organized as follows. 
Section II describes the proposed TIA and equalizer circuit 
implementations, which are the two first stages of a complete 
2.5 Gb/s optical receiver. The main performances are 
summarized in Section III. Finally, conclusions are given in 
Section IV. 
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II. CIRCUIT DESCRIPTION 

A. Transimpedance Amplifier Architecture 
To protect the TIA from saturation and improve the input 

current overdrive capability, the full input photocurrent range 
(3.6 μA – 1.5 mA) is divided into two regions: inactive and 
active. In the inactive region, the TIA responds linearly to the 
input current, while in the active region the transimpedance 
gain is reduced dependent on a control voltage, whereby the 
output voltage is still approximately linear to the input current 
signal.The proposed TIA, shown in Fig. 2, is formed by a 
three-stage inverting amplifier (N1, P1, N2, P2, N3, R), a fixed 
shunt feedback resistor RF = 5 kΩ, the transistor N4 for 
carrying high photocurrents and one feedback transistor (N5). 

For the shunt-feedback TIA amplifier, a large feedback 
resistor is used in order to minimize its contribution (eq. 1) to 
the input referred noise current (inoise,RF) achieving a good 
noise performance. Then, a high open-loop inverting amplifier 
gain A is required (eq. 2) to provide enough bandwidth (BW). 

F

B
RFnoise R

Tki 4
, =                                   (1) 

1
F D

ABW with A
R C

∝ >>                 (2) 

where kB is the Boltzmann’s constant and T is the temperature. 
Thus, three stages are needed for the inverting amplifier to 
achieve enough gain A with simple common source stages, 
which are suitable for low voltage operation. In this design, an 
inverter (N1, P1) is used as first stage, because it shows the 
highest gain, hence optimizing the overall noise performance. 
The second (N2, P2) and third (N3, R) stages are common 
source circuits biased with a diode connected PMOS and a 
resistor R, respectively. Minimal length is used in all MOS 
transistors to optimize frequency and noise response. The 
widths of the NMOS transistors are chosen for a good noise-
power trade-off and the widths of the PMOS transistors and 
the value of the resistor are designed to keep a common-mode 
voltage of 0.9 V over the whole structure. 

Transistor N5 creates a current feedback path which avoids 
input current overload. N4 forms a parallel current path for 
high photocurrents in order to be able to use a small bias 
current through N1 and P1. Both effects enhance the input 
dynamic range. The operation of these transistors depends on 
the value of their gate voltage VC: when VC = 900 mV, the 
transistors are OFF, in the denominated inactive region; when 
VC > 900 mV, the transistors are ON, in the active region. 

B. Transimpedance Gain 
As just mentioned, the transimpedance amplifier can work 

in two different regions. For VC = 900 mV, both transistors N4 
and N5 are OFF and do not affect the TIA operation. 
Therefore, the input current IIN flows through the feedback 
resistor RF, resulting in an output voltage given by: 

FINOUT RIV =                                 (3) 

 
Fig. 2. Proposed transimpedance amplifier. 

 

This linear relationship, with the selected RF = 5 kΩ and 
due to the limit of output swing (VCC – VCM ≈ 0.9 V), works 
properly for small input currents (IIN < 150 μA). So, the noise 
and frequency performance of the inactive region determines 
the sensitivity of the transimpedance amplifier. When a higher 
input current is received from the photodiode, the TIA, to 
avoid overload, must work in the active region. This happens 
for VC > 900 mV, when N4 and N5 are ON, creating two new 
current paths I1 and I2 (see Fig. 2), so that: 

IIII IN ++= 21                             (4) 

Assuming some approximations [3], the output voltage can 
be expressed as: 

( ) ( )11OUT F C IN C FV IR V I I Vβ= = − − R⎡ ⎤ ⎡ ⎤⎣ ⎦ ⎣ ⎦      (5) 

where 0 ≤ β ≤ 1 is a constant which depends on the control 
voltage. This expression shows a reduction factor 1–β(VC) for 
the transimpedance and a voltage drop – (1–β(VC)) RF I1(VC). 
Both effects (denominated A and B, respectively) match with 
the simulation results as shown in Fig. 3. 

 

 

A
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Fig. 3. DC response of the TIA over the whole control voltage swing 
(inactive: VC = 900 mV, active: VC = 1.5 V to 1.8 V, 100 mV step). 



 
Fig 4. Proposed equalizer with differential output. 

 
Fig. 5. Block diagram of the optical receiver. 

C. Equalizer 
The proposed equalizer, as shown in Fig. 4, consists of two 

stages: a common source and a differential amplifier. The first 
stage, in addition to increasing the gain, is used to provide a 
common-mode voltage of 1.2 V at the input of the differential 
amplifier. 

In order to generate a differential output, a low-pass filter 
(R0, C0) is implemented between the inputs of the differential 
amplifier. It creates a low frequency cut-off below 100 kHz. 
Differential output is highly desirable to increase supply 
rejection. 

The high pass characteristic of the equalizer is obtained by 
a source degenerated structure for the differential amplifier, as 
shown Fig. 4. The impedance is formed by a RC network   
(R1-3, C2-4) in order to attain a slope of 5 dB/dec from 1 MHz 
on, which is the complementary frequency response for a 
typical integrated photodiode. Notice that it is possible to 
choose the slope and the initial frequency modifying the 
values of the RC network for a specific photodiode. 

D. Circuit implementation 
The block diagram of the optical receiver is shown in Fig. 

5. It includes the aforementioned TIA and equalizer with a 
differential 50 Ω output driver. The output driver is necessary 
to perform experimental measurements. Its main assignment is 
to drive 50 Ω loads with high output swing. Finally, the output 
driver shows a 5 dB gain, increasing the transimpedance, 
without equalizing, up to 97.4 dBΩ. 

TABLE I 
SUMMARY OF OPTICAL RECEIVER PERFORMANCE 

Parameter Value 
Technology 180 nm CMOS 

Supply Voltage 1.8 V 
Bit Rate 2.5 Gb/s 

Transimpedance 74.5 kΩ* 
Photodiode Capacitance CD = 500 fF 

Bandwidth 1.6 GHz 
RMS Output Noise 18.97 mV* 

Sensitivity @ BER = 10-12 3.56 μApp 
Input Dynamic Range 

(peak to peak) 
3.56 μA to 1.5 mA 

52.5 dB 

DC Power Dissipation 
6.5 mW (TIA) 

4.1 mW (equalizer) 
54 mW (Output Driver) 

* Calculated from a simulation without equalizing 

III. PERFORMANCES 
The proposed transimpedance amplifier with equalizer has 

been integrated in a standard 180 nm CMOS technology with 
a supply voltage of 1.8 V. Its main performances are 
summarized in Table I. To calculate the sensitivity (S), 
defined as the lowest peak to peak input signal for a certain 
BER, if no ISI is supposed: 

( )
( )
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μ

⋅
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Ω
                          (6) 

where n is the RMS output noise, TR is the midband 
transimpedance and Q = 7 for BER = 10-12. 

The TIA alone consumes 6.5 mW, the equalizer 4.1 mW 
and the total power dissipation is 64.6 mW. The frequency 
response without equalizing and after equalizing over the 
whole control voltage swing is shown in Fig. 6 and Fig. 7, 
respectively, including the effect from slowly diffusion 
carriers. The lower cut-off frequency, as expected, is below 
100 kHz, while the amplifier bandwidth is about 1.6 GHz for 
CD = 500 fF. The overall transimpedance is 74.5 kΩ (97.4 
dBΩ). The input spectral noise for the most critical state 
(inactive state determines sensitivity) for the TIA and for the 
complete circuit is shown in Fig. 8. It is calculated from the 
RMS output noise, without equalizing, at the output of the 
TIA and the driver divided by the squared of the midband 
transimpedance gain at the same point, respectively. The 
RMS output noise integrated over the full amplifier 
bandwidth for inactive state is below 19 mV, what leads to a 
RMS input referred noise below 0.26 μApp. For the TIA 
alone, the RMS input referred noise is higher (0.46 μApp). 
The improvement in the noise is achieved, in spite of more 
noise sources, thanks to a better behaviour at high frequency 
(see Fig. 8). The result for the noise response of the complete 
circuit corresponds to a sensitivity below 3.6 μApp. Therefore, 
considering a highest input current peak to peak of 1.5 mA 
(see Fig. 3), the input dynamic range is 52.5 dB. Finally, 
Figure 9 shows two eye diagrams at 2.5-Gb/s with PRBS 
231-1 considering a rise and fall time of 20 ps for the 



photocurrent from the integrated photodiode, for the inactive 
case nearby sensitivity and the active case. The result of the 
simulation is noiseless, but RMS output noise, based on a 
normal distribution, has been added. As can be seen, in both 
cases duty cycle distortion is avoided thanks to the almost 
linear DC response of the transimpedance amplifier. In 
conclusion, this work shows competitive results compared 
with previously published designs [5-8]. 

 

 

Fig. 9. Eye diagrams for 2.5-Gb/s PRBS 231-1 with a rise and fall time of    
20 ps for an input current nearby sensitivity (4 μApp) in the inactive region 

(a) and in the active region (b) for 1.5 mApp (VC = 1.8V). 

(a) (b) 

IV. CONCLUSIONS 
A 180 nm CMOS high performance transimpedance 

amplifier is presented in this work. It is designed for an 
integrated photodiode which is modeled with a capacitance of 
500 fF. The TIA shows a sensitivity below 4 μA and an input 
dynamic range above 52 dB, thanks to a new technique to 
enhance the highest input current. This technique, modified 
from a logarithmical DC compression, keeps an approximately 
linear input-output response, avoiding duty cycle distortion 
over the whole input dynamic range. In addition, the receiver 
is able to compensate the frequency response of the integrated 
photodiode. 

Fig. 6. Frequency response over the whole control voltage swing 
(inactive: VC = 900 mV, active: VC = 1.5 V to 1.8 V, 100 mV step). 
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